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This dissertation contributes to the development of novel designs, and 

implementation techniques for microwave front-end components and packaging 

employing both transmission line theory and classical circuit theory. For compact 

realization, all the presented components have been implemented using planar microstrip 

technology. 

Recently, there has been an increase in the demand for compact microwave front-

ends which exhibit advanced functions. Under this trend, the development of multiband 

front-end components such as antennas with multiple band-notches, dual-band 

microwave filters, and high-Q reconfigurable filters play a pivotal role for more 

convenient and compact products. Therefore, the content of this dissertation is composed 

of three parts. The first part focuses on packaging as an essential process in 

RF/microwave integration that is used to mitigate unwanted radiations or crosstalk due to 

the connection traces. In printed circuit board (PCB) interconnects, crosstalk reduction 

has been achieved by adding a guard trace with/without vias or stitching capacitors that 

control the coupling between the traces. In this research, a new signal trace configuration 

to reduce crosstalk without adding additional components or guard traces is introduced. 
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The second part of this dissertation considers the inherent challenges in the design of 

multiple-band notched ultrawideband antennas that include the integration of multilayer 

antennas with RF front-ends and the realization of compact size antennas. In this work, a 

compact UWB antenna with quad band-notched frequency characteristics was designed, 

fabricated, and tested demonstrating the desired performance. The third part discusses the 

design of single- and dual-band dual-mode filters exhibiting both symmetric and 

asymmetric transfer characteristics. In dual-mode filters, the numbers of resonators that 

determine the order of a filter are reduced by half while maintaining the performance of 

the actual filter order. Here, in order to maintain high performance of conventional 

rectangular waveguides in planar form, substrate integrated waveguide (SIW) technology 

was utilized. A design of single-band dual-mode SIW filters with improved upper 

stopband performance and a design of dual-band dual mode SIW filters are introduced. 

Compact evanescent-mode SIW filters are also realized for low frequency applications 

and for better stopband performance. In addition, a novel tuning solution for planar SIW 

reconfigurable filters is also presented. Tunablity of the reconfigurable filter is achieved 

by adjusting dc-magnetic bias applied to the ferrite material. The new tuning technique 

leads to a dramatic reduction in complexity for the external control system. 
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Chapter 1 

 

 

Introduction 
 
 

 

 

 

 

 

 

 

 

The advance functionality of modern communication systems (e.g. airborne, 

satellite, and handheld personal systems) increasingly demands higher performance of 

compact size, low weight, and high reliability microwave front-ends. In order to address 

these challenges, RF/microwave components have been realized using planar 

technologies and diverse implementation techniques of microwave front-ends continue to 

be a subject of research interest. 

In this chapter, Section 1.1 and Section 1.2 discuss the motivation and objectives 

behind the study of microwave front-end components and antennas with their 

applications in Ultrawideband (UWB) systems followed with a brief overview of each 

chapter in this dissertation as described in Section 1.3. 

 

1.1 Motivation 
 

Microwave radio frequencies (RF) are electromagnetic (EM) waves that have a 

frequency range from around 0.3 GHz to 300 GHz with corresponding wavelength range 

from 1m to 1mm. Microwave signals travel by line-of-sight and are not bent by the 

Earth’s ionosphere unlike lower frequency signals. As well, microwave signals obey the 
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laws of optics and can be transmitted, absorbed, or reflected depending on the 

transferring media types. 

In the late 1970s, lumped element components started to find a place in the 

microwave frequency range [1]. Recently, lumped element components have 

demonstrated the capability to operate up to 18 GHz [1]; however, the low unloaded 

quality factor (Q0) realized by lumped element components results in poor insertion loss 

performance as the frequency increases. 

For this reason, distributed microwave theory was developed as an extension to 

lumped element theory. Figure 1-1 illustrates the three available theories for solving any 

electrical problem based on its frequency of operation. Lumped element theory is a 

simplified circuit model used to solve low frequency problems where the effective size of 

a device is very small compared to the wavelength; distributed element theory is a 

simplified circuit model for high frequency problems where the maximum dimension of a 

device is comparable with the wavelength; while Maxwell’s theory is a full-wave 

solution based on Maxwell’s equations and is suitable for all electrical problems. 

Different numerical techniques based on Maxwell’s equation have been developed such 

as the Finite Difference Time-Domain (FDTD) method, the Finite Element Method 

(FEM), and the Method of moments (MOM). Depending on the problem under analysis, 

each of those techniques has its own strength in terms of accuracy, computation time, and 

boundary definitions when dealing with the radiated emissions. 
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Figure 1-1: Different circuit-theories based on the frequency of operation. 

 

 

Through this dissertation, distributed element concepts are applied in designing 

the proposed front-ends and confirmed using full-wave EM simulations. 

Distributed elements are a solution to the low Q-factor encountered by the lumped 

elements; however, planar distributed elements are often built using Microstrip or 

Stripline technologies (see Figure 1-2 and Figure 1-3, respectively) that make the 

physical dimensions large in comparison to the lumped elements. Both Microstrip and 

Stripline are planar technologies which can be fabricated using photolithography 

techniques. However, Microstrips are preferred because they are lighter, more compact, 

and easier to fabricate. Stripline supports a pure transverse ElectroMagnetic (TEM) mode 

which allows better noise immunity. Microstrip supports a quasi-TEM mode or a hybrid 

mode that is due to the inhomogeneous medium surrounding the transmission line (i.e. 

dielectric material below and air above the transmission line). 

 

 

Maxwell’s Theory 

Distributed Element Theory 

 

Lumped Element 

Theory 
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(a) 

 

 

 

 

 

 

 

 
 
 

(b) 

 

Figure 1-2: Microstrip transmission line: (a) 3D view; (b) 2D side view. 

 

 

 
 

Figure 1-3: Stripline cross-section. 

 

 

The diversity of applications and operational environments has led to high 

production volumes of microwave front-ends including but not limited to:  

i. Packaging, 

ii. Antennas, and 

iii. Microwave filters. 

Each of these components is capable of degrading the performance of a system 

and needs individual attention while designing the system. The following three 

subsections will describe the challenges inherent to each component.  
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1.1.1 Packaging 
 

Packaging is an essential process in RF/microwave integration that is used to 

achieve reliable operation in environment with extreme risk of interference. In 

microwave circuits with complex multilayer and highly dense interconnect layouts, 

crosstalk is a well-known electromagnetic compatibility (EMC) and Signal integrity (SI) 

problem. Usually, SI deals with noise levels in micro-Volts (μV) and micro-Amperes 

(μA), while EMC deals with milli-Volts (mV) and milli-Amperes (mA) noise levels. 

The advanced functionality of modern systems has imposed stringent EMC 

requirements on front-end components, such as allowing minimum quantified levels of 

radiated emissions. Therefore, it is always required to mitigate crosstalk caused by the 

connection traces in a circuit. For example, reconfigurable devices require biasing traces 

which generate undesirable electromagnetic interference or crosstalk. In literature, 

crosstalk reduction has been achieved by adding guard traces with/without vias that 

control the coupling between these traces. For compact realization, it is desirable to 

reduce the crosstalk without adding additional components or guard traces. 

 

1.1.2 Antennas 
 

In recent years, there has been a dramatic increase in demand for compact 

multiband front-ends which exhibit advanced transfer functions. For example, antennas 

with multiple band-notches are highly desired. 

Over the past decade, UWB radio has been considered as a potential revolution in 

wireless communications that enables transmitting and receiving over a wide spectrum. 
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UWB systems enable energy transmission over a wide range of frequencies such that a 

very low power spectrum can be successfully received in coexistence with narrowband 

systems. In communications receivers, the antenna is an important component which 

transforms unguided EM energy to guided signals which can be manipulated at different 

stages (e.g. microwave filters) of the receiver. Microwave filters are used to separate 

communication channels operating at different frequencies thus eliminating interference 

between the channels. However, to reduce the number of filters in an UWB system, it is 

usually preferred to exploit the existing space of the antenna structure by enabling an 

antenna to operate as an energy receiver and a bandstop filter for specific unwanted 

bands. For best utilization of an antenna space, a multilayered antenna configuration is a 

good candidate. Here, challenges inherent with the design of multiple band-notched 

UWB antennas are comprised of the integration of multilayer antennas with RF front-

ends and the realization of compact size antennas. Usually, it is difficult to generate 

multiple band-notches within the antenna radiator layer using parasitic elements while 

maintaining a monopole like radiation pattern. A monopole radiation pattern is essential 

for UWB applications and specifically in portable devices (e.g. Laptops, personal 

computers (PCs), and personal connectivity devices). 

 

1.1.3 Microwave Filters 
 

Other important components are the microwave filters. Microwave filters are the 

key building block in any modern communication systems. Generally, the success in the 

design procedure of a filter is based on the similarity between the equivalent circuit 

model and the physical structure. High-Q bandpass and bandstop applications using 
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planar technologies dominate the filter field. Here, in order to maintain high-Q and low 

loss of conventional rectangular waveguides in planar form, substrate integrated 

waveguide (SIW) filters are utilized. Figure 1-4(a) shows the conventional rectangular 

waveguide cavity while Figure 1-4(b) shows its transformation into an SIW cavity. This 

is done by replacing the perfect side walls of a waveguide cavity into metallic vias and by 

reducing the waveguide cavity height to match the planar substrate height. 

 

 
(a) 

 

 

 
 

(b) 

 

 

Figure 1-4: (a) 3D rectangular H-plane waveguide cavity; (b) SIW cavity. 

 
 

However, SIW filters suffer from a limited upper stopband performance. Therefore, an 

SIW filter needs to be cascaded by a low-pass cleanup filter in order to be successfully 

integrated within a system. From this perspective and for compact realization, dual-mode 

and evanescent-mode SIW filters exhibiting both symmetric and asymmetric transfer 

characteristics are introduced. The design of asymmetrical filters [2, 3] requires the 

placement of finite-frequency transmission zeros (TZs) either in the lower or the upper 
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stopband. A finite-frequency TZ is known as the placement of a highly sharp attenuation 

through the transmission coefficient (S21) of a filter at a specific frequency usually beside 

its passband edges. Thus, the importance of placing a TZ is that a filter will be more 

selective on one side of the passband than the other or in both sides if there are two or 

more TZs placed on the lower and upper stopband sides as in filters with symmetric 

transfer characteristics. 

Moreover, planar reconfigurable filters are required in many multiband wireless 

communications and wideband radar systems. In response to this need, many tuning 

technologies have been proposed such as micro-electromechanical systems (MEMS) and 

mechanical tuning with electrically controlled methods. However, there is always need 

for new tuning technique which leads to a dramatic reduction in the complexity of the 

external control system (e.g. biasing circuits). 

In order to integrate different RF/microwave components within a system, 

different parameters need to be considered and evaluated. The overall performance of a 

system can be evaluated by determining two important parameters for each component in 

the system. Those evaluation parameters are power gain (GT) and noise figure (NF). 

Figure 1-5 shows a two-port network system formed by cascading series N components. 

 

 
 

Figure 1-5: System integration by cascading N components. 
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The power gain is defined as the ratio of power delivered to the load to that 

available from the source or in other words, power gain is the magnitude of the forward 

scattering parameter 2
21 || S . The total power gain ( TotalGT ) of a system is calculated using 

the following equation 

)(...)()( 21 dBGTdBGTdBGTGT NTotal        (1.1) 

 

where 1GT , 2GT ,…, NGT  are the power gain for the individual components in a system in 

dB. 

Precisely, the term power gain is associated with active RF components which need an 

external power source to operate, while in passive components the term insertion loss is 

commonly used. 

Noise figure is defined as the ratio of the signal to noise ratio (S/N) at the input 

side to the signal to noise ratio at the output side as in (1.2). 

Output

Input

NS

NS
dBNF

)/(

)/(
)( 

                 (1.2) 

For a system of N components the total noise figure is given by 
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2121

3

1

2
1












               (1.3) 

  

 

1.2 Dissertation Objectives 
 

 

As discussed in the previous section, performance of any system can be improved 

by efficiently designing its individual key components. The goal of this dissertation was 

to design novel and compact front-end components, namely, packaging, antennas, and 
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microwave filters, in order to achieve excellent performance of UWB systems. Such 

components with their advanced frequency characteristics are the key enabling 

technology for cognitive radios, and portable communications systems. Furthermore, the 

proposed components greatly increase system performance in terms of improved receiver 

sensitivity, rejection of high-power interferers, and simplified analog front-end 

architecture. 

 

1.3 Dissertation Overview 
 

 

The dissertation is organized as follows: Chapter 2 presents new trace 

configuration employing stepped impedance elements and open-circuited stubs to reduce 

far-end crosstalk in printed circuit board (PCB) interconnects. The goal of this research is 

to reduce crosstalk without using additional PCB components in the design. Specifically, 

stepped impedance elements and open-circuited stubs of uniform length and width on the 

victim traces are employed to suppress high-frequency electromagnetic interference and 

to equalize propagation delays (i.e. capacitive and inductive couplings between PCB 

traces). The overall design is very similar to the usual low-pass filter configurations 

which are difficult to implement in the prototype testing. The proposed approach shows 

remarkably better results when compared to conventional intervening guard trace 

schemes. 

Chapter 3 proposes a new and simple design of a multilayered quad band-notched 

UWB antenna. The antenna is compact in size, suitable for UWB applications, and 

exhibits quad narrow band frequency notches to suppress the interference of the nearby 

wireless communication systems within an UWB frequency range. The narrow band 
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notches are realized by adding closed-loop ring resonators designed to cover the 3.3-3.7 

GHz, 4.5-4.8 GHz, 5.15-5.35 GHz, and 5.725-5.825 GHz bands. The antenna is 

fabricated and tested for demonstrating the desired characteristic.  

The following three chapters (Chapter 4, 5, and 6) are dedicated to the design of 

microwave filters which are essential components in UWB systems in specific and 

transceiver systems in general. Chapter 4 discusses the design of dual-mode SIW filters 

with improved upper stopband attenuation. The filter is comprised of a TE102 and TE201 

modes waveguide resonator. A simple solution for improving the upper stopband 

performance while maintaining compact size realization is provided. The stopband 

improvement is achieved by using defected ground structure (DGS) which is etched on 

the ground plane of the SIW cavity. Compared to previous reported SIW filters with 

improved stopband achieved by lowpass cleanup filters, the proposed approach provides 

a relatively compact realization while reducing the complexity of the overall structure. In 

addition, the design of dual-band dual-mode SIW filters with symmetric transmission 

zeros is discussed.  

Chapter 5 introduces a novel tuning solution for planar reconfigurable microwave 

filters. The design is based on the application of a classical synthesis technique of 

waveguide ferrite circulators and isolators. Tunablity is achieved by adjusting dc-

magnetic bias applied to the ferrite material. Compared to the previously reported 

reconfigurable filters based on electrical adjustment enabled by mechanical 

modifications, the designed filters offer a relatively wide tuning range and stable 

tunability, while dramatically reducing the complexity of the external control system. 
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Chapter 6 presents a compact realization of an evanescent-mode SIW bandpass 

filter. A 3
rd

 order filter comprised of three Comblines spread throughout an SIW section 

is implemented. The filter is capable of realizing N-1 transmission zeros where N is the 

filter’s order and has relatively better upper stopband attenuation. 

 In this dissertation, planar Microstrip and SIW technologies were used for 

realizing all the implemented structures. Copper metals were selected since they are 

inexpensive, easily machinable, and have good conductivity. As well, a commercial EM 

solver named ANSYS High Frequency Structure Simulator (HFSS) based on the FEM 

method was used to provide the optimal dimensions of the proposed structures.
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Chapter 2 
 

 

Far-End Crosstalk Reduction in PCB 

Interconnects 
 

 

 

Crosstalk in PCB traces is a well-known EMC and SI problem. A typical scenario 

involves coupling of a high-frequency signal (e.g. a digital clock) onto a low-frequency 

trace (e.g. a power or a ground trace). Since low-frequency traces are typically long 

traces routed on multiple layers on a PCB, high-frequency interference may easily radiate 

from multiple and/or unsuspected locations on the PCB. Therefore, it is usually very 

difficult to determine the actual location of the radiating area on the board. 

Normally, the first line of defence is to mitigate the radiation source by reducing 

the current strength, slewing the rise/fall time of the digital signal (e.g. by adding series 

resistors or ferrites [4]) or shortening/straightening the high-frequency trace. Though such 

countermeasures may provide a limited improvement, they may not even be an option for 

a given design (e.g. for SI constraints). SI in PCBs refers to ensuring that a signal when 

sent down through a pair of traces will arrive at the receiver side with the desired level, 

timing, and wave-shape. 

Another way to reduce crosstalk is to exploit the inherent parasitic effects (i.e. 

mutual capacitance and mutual inductance) among PCB traces [5-8]. Usually increasing 

the capacitive coupling along coupled surface Microstrip traces may be used to reduce 
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far-end crosstalk [6]. 

To this end, different configurations of guard traces have been employed in 

between adjacent interconnects [5, 9-11]. In addition, grounded vias can be added to the 

guard trace to help further reduce crosstalk. However, large numbers of vias degrade the 

SI and routing additional traces may not be possible in a crowded layout. Furthermore, 

crosstalk reduction provided by guard traces is limited and is usually insufficient [5, 12-

14]. Therefore, it is highly desirable to explore new trace configurations that may provide 

better crosstalk reduction and can be routed in a crowded layout. 

One way is to employ a low-pass filter (LPF) configuration on the victim traces. A 

typical LPF employs either stepped impedance elements or open-circuited stubs on the 

victim trace. This method achieves much better performance than designs using guard 

traces alone. However, since stepped impedance elements and open-circuited stubs have 

non-uniform lengths and widths, it is very difficult to implement different LPF 

configurations on PCB traces in a prototype testing. 

This chapter introduces novel victim trace configurations to reduce far-end 

crosstalk coupling between two adjacent PCB traces. The far-end crosstalk is of particular 

interest due to the significantly stronger coupling as compared to that at the near-end 

[15]. The proposed configurations have LPF characteristics [16] as they employ stepped 

impedance elements and open-circuited stubs. However, these elements have uniform 

lengths and, therefore, are easier to implement in the prototype testing in EMC pre-

compliance/compliance chambers. 

The organization of this chapter is as follows. Section 2.1 discusses both 

conventional and proposed crosstalk reduction configurations. Section 2.2 compares 
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these PCB configurations in terms of crosstalk reduction in adjacent PCB traces, while 

conclusions are given in Section 2.3. 

2.1 Crosstalk Reduction Schemes 

 

Figure 2-1 illustrates a PCB structure (50 mm x 40 mm) with two adjacent 

uniform traces that are spaced 8 mm apart. Both traces are 3 mm wide and 50 mm long. 

As illustrated, the PCB structure is supported by a 1.575 mm thick FR4 substrate with a 

dielectric constant of 4.4 and a loss tangent of 0.02. It was assumed that one trace (acting 

as an aggressor) is carrying digital or high-frequency signals. These signals may couple 

onto the adjacent trace (hereby referred as the victim trace) which is carrying low-

frequency or DC currents. 

To reduce this coupling, referred to as crosstalk, various configurations can be 

employed. The following subsections discuss conventional configurations (Section 2.1.1) 

as well as the proposed configurations (Section 2.1.2.2 and Section 2.1.3.2). 

 

 
 

Figure 2-1: PCB structure with two uniform adjacent traces. 
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2.1.1 Conventional Configurations 

As illustrated in Figure 2-2, a guard trace is usually introduced (as a shield) in 

between the aggressor and the victim trace. For additional shielding, one may also ground 

the guard trace with via fences (see Figure 2-3).  

Here, the guard trace is assumed to be 1 mm wide and is terminated at both ends 

by the matched impedance (i.e. 87 Ω) to prevent any standing waves. Furthermore, the 

spacing between each via on the guard trace is assumed to be 2 mm. 

 

Figure 2-2: PCB structure with a guard trace between two uniform adjacent traces. 

 

 

Figure 2-3: PCB structure with a guard trace grounded with vias between two uniform 

adjacent traces. 
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2.1.2 Stepped Impedance LPF Configuration 

2.1.2.1 Stepped Impedance LPF Design 

In [17], the stepped impedance trace for crosstalk reduction was presented. Here, 

if the victim trace is a low-frequency or DC trace, one may employ a stepped impedance 

LPF configuration (i.e. using elements of alternating high and low impedance on the 

trace). Length Hil  of the high impedance ( HZ ) element can be calculated using the 

electrical length defined as [16], 

H
Hi

Z

LR
l 0

,    (2.1) 

where  2 ,   corresponds to the cut-off frequency of the LPF, and 0R  represents 

the feed trace characteristic impedance. Similarly, length Lil  of the low impedance 

element ( LZ ) can be calculated as, 

0R

CZ
l L
Li 

,     (2.2) 

 

where L  and C  are the normalized lumped element values for the inductors and 

capacitors respectively [18]. The width of the elements is chosen corresponding to 

impedances HZ and LZ . Here, HZ and LZ are usually set to the highest and lowest 

characteristic impedance values that can be practically fabricated. It is worth mentioning 

that the difference between the two impedances should be as high as possible for 

excellent filter performance (i.e. sharp cut-off). However, in this case, sharp cutoff is not 

an essential requirement. Figure 2-4 illustrates an example of a 5 elements LPF design. 

Here, HZ = 120 Ω, LZ = 20 Ω, and 0R = 50 Ω were chosen. Also, a cut-off frequency of 
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4 GHz and a 7 dB insertion loss at 4.4 GHz were selected. The calculated values using 

(2.1) and (2.2) are given in Table 2.1. 

 

Figure 2-4: 5 elements stepped impedance LPF design. 

 

Table 2.1: 5 Elements Stepped Impedance LPF Design. 

Element 

Value 

Impedance 

(Ω) 

Electrical 

Length 

Length 

(mm) 

Width 

(mm) 

C1=0.618 ZL=20 14.163
0
 lL1=1.492 wL=11 

L2=1.618 ZH=120 38.626
0
 lH2=4.657 wH=0.4 

C3=2.000 ZL=20 45.836
0
 lL3=4.828 wL=11 

L4=1.618 ZH=120 38.626
0
 lH4=4.657 wH=0.4 

C5=0.618 ZL=20 14.163
0
 lL5=1.492 wL=11 

 

 

2.1.2.2 Proposed Stepped Impedance Configuration 
 

The proposed stepped impedance configuration (Figure 2-5) is based on the LPF 

design. However, unlike the LPF, the proposed structure employs uniform lengths ( il ) 

for all elements. This length may be selected to lie within the minimum and the 

maximum values calculated for the LPF design. For example, for the 5 elements design 

given in Table 2.1, the length for an element in the proposed configuration should be 

selected to be between 1.492 mm and 4.828 mm. Choosing a particular uniform length 

for all elements will affect the cut-off frequency and the return loss of the filter. Return 

loss and insertion loss of a filter are respectively given by  
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||log20||log20)( 111010 SdBRL        (2.3) 

and 

||log20)( 2110 SdBIL              (2.4) 

where |||| 11S  is the S-parameter reflection coefficient, which is the ratio of the 

reflected wave to the incident wave, and S21 is the S-parameter transmission coefficient.  

However, since a low-frequency or DC signal on the victim trace is assumed, cut-off 

frequency and return loss are not the primary concerns. Fixing the element lengths 

simplifies the LPF design procedure and makes it easier to implement the design in EMC 

prototype testing (e.g. using copper tape). Furthermore, selecting a particular number of 

elements is arbitrary and affects the performance of the proposed configuration in terms 

of crosstalk. In this investigation, 3 elements and 5 elements configurations have been 

selected for comparison with the uniform trace configuration (Figure 2-1). 

 

 

 

Figure 2-5: PCB structure of the proposed stepped impedance configuration with 5 

elements. 
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2.1.3 Open-Circuited Stub LPF Configuration 

2.1.3.1 Open-Circuited Stub LPF Design 

One drawback of using the stepped impedance design is the narrow width of the 

high impedance sections. This could be an issue for the flow of high current densities. 

Therefore, a new trace configuration is introduced. Here, one may employ an open-

circuited stub LPF on the victim trace. In this configuration, unity filter impedance is 

assumed and the element lengths are essentially equal to 8/  at the cut-off frequency. 

This is by assuming unity cut-off frequency as in equation (2.7). 

The widths for both stubs and transmission line (TL) sections correspond to their 

characteristic impedance values. Figure 2-6 depicts a 5 elements LPF circuit prototype. 

Here, by using Richard’s transformation [16] to convert lumped elements to distributed 

elements, the reactance of an inductor can be calculated as 

   )tan( ljLjX L         (2.5) 

 

and the susceptance of a capacitor can be calculated as 

   )tan( ljCjBC          (2.6) 

 

where L  and C  are the normalized lumped element values,  2 ,   corresponds to 

the cut-off frequency of the LPF, and XL, BC are the reactance and the susceptance of the 

lumped element components. 

 

Figure 2-6: Circuit prototype of 5 elements open-circuited stub LPF. 
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These equations indicate that an inductor can be replaced with a short-circuited 

stub of length l  and characteristic impedance L , while a capacitor can be replaced with 

an open-circuited stub of length l  and characteristic impedance C/1  (see Figure 2-7).  

 

(a) 

    

(b) 

Figure 2-7: Richard’s transformation for: (a) an inductor; (b) a capacitor. 

 

Thus, the circuit prototype in Figure 2-6 after using Richard transformation to convert 

inductors and capacitors to series and shunt stubs is illustrated in Figure 2-8. 

Equation (2.7) maps the   plane to the   plane to realize a two-port LC network 

using open or short circuited stubs. 

1)tan()tan( 
p

l
l






   (2.7) 

where p  , p  is the phase velocity and l  is the stub length.  
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Figure 2-8: A normalized distributed circuit model of a 5 elements LPF design after 

using Richard’s transformation. 

 

Moreover, Kuroda’s identities [16] are used to separate filter elements using 

transmission line sections and also to transform short-circuited stubs into open-circuited 

stubs. In PCB technology, open-circuited stubs are easier to fabricate than short-circuited 

stubs because a via hole through the substrate is not needed. 

The following Kuroda’s identities (see Figure 2-9) are used to convert all series stubs to 

shunt stubs and to convert the resulting short-circuited stubs into open-circuited stubs. 

Here, 12
2 /1 ZZn  . 

 
(a) 

    
(b) 

 

Figure 2-9: (a) Kuroda’s 1
st
 identity and (b) Kuroda’s 2

nd
 identity. 
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To make the filter realizable, and to match the source and load sides, additional 

transmission line sections called unit elements with 8/  length at cf  were added as 

depicted in the following Figure 2-10. The introduction of unit elements does not affect 

the filter performances since they are matched to source and load impedances. 

 

Figure 2-10: A normalized distributed circuit model of a 5 elements LPF design with 

unit elements at the ports side. 

 

Figure 2-11 shows the circuit prototype after applying Kuroda’s 1
st
 identity to the 

first and last shunt stubs of Figure 2-10. 

 

Figure 2-11: A normalized distributed circuit after applying Kuroda’s 1
st
 identity. 

 

The circuit prototype in Figure 2-11 is non realizable since four series stubs still 

exist. Therefore additional unit elements are required as in the Figure 2-12. 

 

Figure 2-12: A normalized distributed circuit of Figure 2-11 after adding two unit 

elements. 
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Figure 2-13 illustrates a distributed model of a 5 elements open-circuited stub 

LPF with a cut-off frequency of 4 GHz and 0.5 dB equal-ripple characteristics after 

applying Kuroda’s 2
nd

 identity to the prototype in Figure 2-12. The corresponding stub 

and transmission line section lengths, as well as the widths after impedance and 

frequency scaling are given in Table 2.2. 

Impedance scaling is used to scale the source and load unity impedances into 50 

Ω impedances in addition to stub’s impedances as in the following equation 

 50oScaled ZZ         (2.8) 

where ScaledZ  is the impedance after scaling and oZ  is the normalized impedance. 

Frequency scaling is used to change the frequency from unity to the desired 

frequency C  as described in the following equation 

    
C

Scaled



          (2.9) 

where Scaled  is the radian frequency after scaling,   is the unity frequency, and C  

is the desired frequency. 

 

Figure 2-13: A distributed circuit model of a 5 elements open-circuited stub LPF design 

after using Richard’s transformation and Kuroda’s identities. 
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Table 2.2: 5 Elements Open-Circuited Stubs LPF Design at 4 GHz Cut-Off Frequency. 

Element 

Value 

Impedances 

(Ω) 

Electrical 

Length 

Length 

(mm) 

Width 

(mm) 

C1=1.7058 Z0=50  

 

 

 

45
0
 

 

 

 

 

4.47 

 

3.0 

L2=1.2296 Z1=129.3 0.28 

C3=2.5408 Z2=81.52 1.14 

L4=1.2296 Z3=24.04 8.74 

C5=1.7058 Z4=79.96 1.19 

 Z5=19.68 11.27 

Z6=79.96 1.19 

Z7=24.04 8.74 

Z8=81.52 1.14 

Z9=129.3 0.28 

 
 

2.1.3.2 Proposed Open-Circuited Stub Configuration 
 

The proposed open-circuited stub configuration (Figure 2-14) is easier to realize, 

more compact in size, and has fewer concerns for high current densities as compared with 

the stepped impedance configuration. 

 

 

 

Figure 2-14: PCB structure of an open-circuited stub configuration with 5 elements. 
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The proposed structure employs a uniform stub width ( w ) and a uniform transmission 

line section width ( tw ). These widths may be selected to lie within the minimum and the 

maximum values calculated for the LPF design. For example, for the 5 elements design 

given in Table 2.2, the width for a stub can be selected between 0.28 mm and 11.27 mm, 

while the width for a transmission line section can be selected to be around 1 mm. As is 

the case in stepped impedance design, choosing particular widths uniformly for all stubs 

and for all transmission line sections will affect the cutoff frequency and the return loss 

of the filter. However, in this case, cutoff frequency and return loss are not the primary 

concerns. 

2.2 Results and Discussions 

Both conventional and proposed PCB configurations were simulated using ANSYS 

HFSS [19] to calculate the far-end crosstalk (i.e. S41) over a sweep of frequency from 0 to 

6 GHz. A comparison of the calculated results is presented below. First, the crosstalk 

between uniform adjacent PCB traces (Figure 2-1) using a conventional guard trace 

(Figure 2-2) and a guard trace with vias (Figure 2-3) was calculated. The results, plotted 

in Figure 2-15, show that the guard trace alone does not provide any significant 

improvement in the crosstalk reduction. Similarly, using the guard trace with via fences 

shows a slight but insignificant improvement in crosstalk reduction. 

Next, the performance of the stepped impedance configuration (Figure 2-5) 

employing 3 mm long elements and the performance of the proposed open-circuited stub 

configuration (Figure 2-14) with w =4.4 mm stub width, tw =0.6 mm transmission line 
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sections width, and l =5.8 mm element (i.e. Stubs and TL sections) lengths were 

investigated. 
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Figure 2-15: Comparison of far-end crosstalk in adjacent PCB traces using a guard trace 

and a guard trace grounded with vias. 

 

As can be seen in Figure 2-16, the proposed design with open-circuited stubs 

provides significant reduction in crosstalk when compared to the performance of the 

guard trace configurations in Figure 2-15 as well as compared to the stepped impedance 

configuration. It is observed that the steepest crosstalk reduction (i.e. around 4 GHz) 

occur according to the location of the cutoff frequency of the victim trace. Moreover, it 

can be observed that the crosstalk can be further reduced by increasing the number of 

elements in both the stepped impedance and the open-circuited stub configurations. 
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Figure 2-16: Far-end crosstalk in PCB traces using the proposed configurations. 
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Figure 2-17: Comparison between the proposed configurations and the uniform trace 

configuration for the near-end crosstalk. 
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A comparison of the near-end coupling, as plotted in Figure 2-17, shows that the 

proposed configurations provide no improvement as compared to the reference 

configuration (i.e. uniform adjacent parallel traces). 

Figure 2-18 shows that the performance of the proposed configurations has a LPF 

frequency characteristic, and the performance is relatively similar for both designs in 

terms of the return loss (S33) and the transmission coefficient (S43). Moreover, the return 

loss levels are acceptable for the proposed configurations. 
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Figure 2-18: LPF frequency characteristics for both proposed configurations. 

 

Figure 2-19 illustrates the radiated emissions from the proposed PCB 

configurations (Figure 2-5 and Figure 2-14) as well as the reference configuration (Figure 

2-1). With the aid of HFSS, the magnitude of the electric field |E|max radiated by the PCB 

structures without the dielectric material was calculated on a hemispherical surface with 



 
30 

radius equal to 1 m. The PCB structure is located at the centre of the hemisphere and a 1 

V voltage source is used to excite the aggressor trace, (i.e. at port 1) which connects 

between the uniform trace and an infinite ground plane [20]. Figure 2-19 shows that by 

varying the source frequency from 0.1 to 6 GHz, the 5 elements stepped impedance 

design has relatively similar radiated emission impact as compared to the uniform parallel 

trace design, while the 5 elements open-circuited stubs design has relatively high 

radiation emissions. 
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Figure 2-19: Magnitude of radiated electric field from the proposed PCB configurations. 
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2.3 Conclusions 

In this chapter, two novel EMC trace (i.e. stepped impedance and open-circuited 

stub) configurations employing uniform elements were investigated for reduced far-end 

crosstalk in adjacent PCB traces. Moreover, the proposed approaches are easier to 

implement in the EMC prototype testing and provide better crosstalk reduction when 

compared with the conventional techniques. The performance of the proposed designs 

was found to be comparable to the LPF design. Both configurations provide an improved 

far-end crosstalk reduction; however, the open-circuited stub design exhibits better 

performance, more compactness, and better handling of high current densities when 

compared to the stepped impedance design. One drawback is that the open-circuited stub 

design has higher radiated emissions as compared to the stepped impedance design.      
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Chapter 3 

 

 

Multilayered Multiband-Notched UWB 

Antenna Design 
 

 

Recently, there has been increasing demand in designing UWB systems, and more 

particularly so after the release of the frequency band 3.1-10.6 GHz by the Federal 

Communications Commission (FCC) [21]. The main objective of UWB is the handling of 

high data-rates in the presence of wireless communication standards, which cause EM 

interference with UWB systems, such as the worldwide interoperability for microwave 

access (WiMAX) system operating at 3.3-3.7 GHz, satellite communication systems such 

as the Indian national satellite (INSAT) system operating at 4.5-4.8 GHz, and wireless 

local area network (WLAN) system operating at 5.15-5.35 GHz and 5.725-5.825 GHz. 

Generally, UWB antennas should have sufficient impedance matching for broad 

operating bandwidth and high-gain radiation in desired directions. Since antennas are 

essential components for a host system application, it is desirable to design UWB 

antennas that contain narrow band-notches within the UWB frequency range. The early 

works on frequency band-rejected UWB antennas were realized by utilizing small strip 

bars [22-24], open-loop resonators [25], U-shaped slots [26-28], Ω-shaped slots [29], 

half-mode substrate integrated waveguide cavities [30], and pentagonal radiating patch 

with two bent slots [31]. 
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In [22-29], however, the elements were constructed on the same layer within the 

antenna radiator or on the back side of the same layer for generating single and/or dual 

frequency band-notched antennas. Therefore, due to the space limitation, it is difficult to 

generate multiple band-notches and control the width of the band-notch. On the other 

hand, in [30], the antenna is attached to a single cavity below the feed line to provide 

multiple stopbands. This leads to an increase in the antenna size. Moreover, the antenna 

design in [30] has complicated structures leading to increased fabrication costs and 

difficulty in the integration with microwave integrated circuits. In [31], dual rejection 

bands of the antenna are obtained so that three operating bands are covered (i.e. WiMAX 

and upper/lower WLAN). Here, both upper and lower WLAN bands are covered using 

single rejection band. This leads to inefficient utilization of the available bandwidth. 

The objective of this chapter was to develop a simple and compact realization 

with stable radiation performance of a quad band-notched planar antenna suitable for 

UWB applications. It will be shown that the proposed antenna in Figure 3-1 possesses the 

desirable feature of compactness, while achieving an acceptable impedance bandwidth 

performance. Ring resonators have been utilized because of their narrow bandwidth, 

compact size, and low radiation loss [32] essential to ensuring a relatively 

omnidirectional far-field radiation pattern (which is originally due to the actual 

rectangular slot patch monopole antenna). The monopole planar antenna type is 

commonly used due to its wide bandwidth, simple structure, and low cost. 

The organization of the chapter is as follows. Section 3.1 describes the 

configuration of the proposed antenna. Section 3.2 presents measured and simulated 

results, and conclusions are given in Section 3.3. 
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3.1 Antenna Configuration 

In monopole UWB antenna illustrated in Figure 3-1, the top side of layer 3 is 

realized using a rectangular slot patch with a 50 Ω Microstrip feed-line. Broadening the 

bandwidth of this antenna is achieved by increasing the width of the monopole or the 

rectangular patch [33] and the suitable choice of feeding technique. Alternatively, one 

may increase bandwidth by increasing the substrate thickness or by decreasing the 

relative permittivity of a substrate [34]. Impedance bandwidth is inversely proportional to 

the Q of the antenna. Q of a resonator is the ratio of the stored energy to the dissipated 

energy in a resonator. 

Four band-notches within the UWB frequency range are achieved by vertically 

aligning four ring resonators (with their centers aligned along an axis) on multilayered 

planes. Here, each ring is responsible for creating a frequency band-notch. 

The antenna is printed on four-layers of Rogers substrate (RO4003) [35] with a 

dielectric constant of 3.55 and a loss tangent of 0.0027. The thicknesses of the layers 

have been arbitrarily selected; the thickness of layer 1, 2, and 3 is set to be 0.508 mm and 

the top layer (layer 4) is set to be 0.8128 mm as illustrated in Figure 3-1(c). The antenna 

is connected to a 3.5mm SubMiniature version A (SMA) connector between a 50 Ω feed-

line on top side of layer 3 and the ground plane on bottom side of layer 1. The length of 

layer 4 (Ls) is implemented to be much shorter than the overall antenna length (L) as 

depicted in Figure 3-1(a) to make the connection through SMA connectors possible and 

to allow integration of RF front-ends. SMA connectors are usually preferred for planar 

components because of their excellent broadband performance between DC and 18 GHz. 
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(a) 

 

 

 

 

 

 

 

 

              (b)                                      (c) 

 

Figure 3-1: Structure of the proposed quad band-notched UWB antenna in four layers 

configuration (a) 2D double-sided view of each layer; (b) top view; and (c) side view. 
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Full-wave EM simulations are performed using ANSYS HFSS leading to the 

following optimal dimensions of the proposed antenna as listed in Table 3.1.  

 

Table 3.1: Dimensions of the Proposed Quad Band-Notched UWB Antenna. 

 

Symbol Value (mm) Symbol Value (mm) 

L  33.5 lh 2.5 

W 30 lax 9.2 

Ls 19.7 D1 10.2 

lg 12.1 D2 13 

ltr 14 D3 4.8 

wtr 3.5 D4 13.6 

lo 17 D5 8 

wo 11.2 D6 10.8 

li 10.6 D7 11.2 

wi 4.8 D8 17.6 

 

In this design, the fundamental stopband center frequency of  corresponding to 

each ring is approximately given by 

gr  2 .      (3.1a) 

Therefore, 

       
reff

o
D

c
f


 ,      (3.1b) 

 

where D  is the mean diameter of the ring, g  is the guided wavelength, c  is the speed 

of light in free space, and reff  is the effective relative dielectric constant. The 

arrangement of the ring resonators could be either above and/or below the actual 

monopole antenna radiator. Each resonator in the structure resonates at different resonant 

frequencies by varying the mean diameter. The ring on top of layer 1 is responsible for 

generating the rejection-band for the INSAT. Rings on the top and bottom sides of layer 2 
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are responsible for generating the rejection-bands for lower and upper WLAN standards 

respectively, while the ring on top of layer 4 is responsible for generating the rejection-

band for the WiMAX standard. 

 

3.2 Results and Discussions 

In this section, parametric studies have been carried out using ANSYS HFSS for 

providing a better understanding of the antenna operation. Also, measured impedance 

bandwidth and radiation pattern are discussed. For convenience, results in Figure 3-2, 

Figure 3-3, and Figure 3-4 are obtained using one ring resonator located on the top side 

of layer 4, with the other resonators removed. 

Figure 3-2 shows the variation of the Voltage Standing Wave Ratio (VSWR) with 

frequency for different mean diameters of the top ring resonator. VSWR measures the 

ratio between the amplitudes of the maximum standing wave to the minimum standing 

wave and can be calculated using the following equation 

            
||1

||1




VSWR

  

   (3.2) 

where ||   is the magnitude of the reflection coefficient which is the ratio of the reflected 

wave magnitude to the incident wave magnitude at a transmission line load. If the 

impedance of the feed-line and the antenna input impedance are not identical then there 

will be a mismatch and some of the incident signal will be reflected back to the source. In 

Figure 3-2, increasing the mean diameter of the ring resonator leads to a negative shift in 

the resonant frequency. 
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Figure 3-2: Simulated VSWR versus frequency by varying mean diameter (D) of the top 

ring resonator on layer 4. 

 

 

 

From Figure 3-3, it can be seen that for a given rejected center frequency, the 

bandwidth is a function of the axial position along the x-axis as well as the mean 

diameter (D) and the ring width (wr).  

By fixing the axial position (lax) and applying the above analysis, the optimized 

dimensions for each of the ring resonators (D and wr) were found using ANSYS HFSS 

after calculating the mean diameter using (3.1b). Each ring is optimized to cover a 

specific wireless standard as listed in Table 3.2. 
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Table 3.2: Calculated and Optimized Ring Resonator’s Parameters Corresponding to the 

Rejected Center Frequency and the Required Bandwidth. 

 

 Wireless 

Standard 

fo  

(GHz) 

Required 

BW 

(GHz) 

D 

Calculated 

(mm) 

D 

Optimized 

(mm) 

Wr 

(mm) 

WiMAX 3.5 0.4 15 14.4 6.4 

INSAT 4.65 0.3 11.3 11.6 2.8 

Lower WLAN 5.25 0.2 9.1 9.2 8.8 

Upper WLAN 5.775 0.1 10 9.4 2.8 
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Figure 3-3: Simulated VSWR by varying the axial position along the x-direction and 

adjusting both width and mean diameter of the top ring resonator. 

 

 

Figure 3-4 depicts the simulated current distributions at the notch frequency (i.e. 

3.2 GHz). As illustrated in Figure 3-4(a), the direction of the current flow on the antenna 

radiator is opposite to those on the ring resonator. 
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  (a) 

 

   (b) 

Figure 3-4: Simulated current distributions at the notch frequency: (a) vector surface 

currents; (b) surface current magnitudes.  
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In addition, Figure 3-4(b) shows that the coupling is stronger where both the ring 

resonator and the antenna radiator are closer to each other (i.e. left and right sides of the 

antenna radiator). In other words, the ring resonator has a significant effect on the 

antenna performance which is described by the frequency rejection band. 

Figure 3-5 shows both measured and full-wave EM simulated  

VSWR characteristics of the proposed antenna. The frequency performance of the 

antenna demonstrates four rejection-bands with VSWR > 2 covering all of WiMAX, 

INSAT, and lower/upper WLAN applications, while maintaining VSWR < 2 at out of the 

rejection-bands. A very good agreement between measured and simulated results is 

observed. Slight discrepancies could be attributed to the effects of the SMA connector 

which is not considered in the simulation. 
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Figure 3-5: Measured and simulated VSWR characteristics of the proposed antenna. 
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Measurements are carried out for the far-field radiation pattern on the proposed 

antenna in a custom built anechoic chamber with a quad ridged horn antenna as a 

reference at Wrtest Labs [36]. The quad ridged antenna was selected because it is a well-

known standard for wideband applications operating between 1 to 18 GHz with both 

vertical and horizontal polarization and an average gain of approximately 10 dB. 
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       (a) 

XY-plane (7GHz)
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        (b) 

XY-plane (9GHz)
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       (c) 

Figure 3-6: Measured far-field radiation pattern of the proposed antenna with/without 

ring resonators at a) 4 GHz; b) 7 GHz; and c) 9 GHz. 
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Figure 3-6 depicts the measured radiation patterns of the proposed antenna with 

and without ring resonators along xy, xz and yz planes at 4, 7, and 9 GHz, respectively. 

The H-plane (i.e. yz-plane) patterns are almost omnidirectional for the three frequencies, 

in a manner similar to the conventional dipole antenna. Omni-directional radiation pattern 

implies that the waves passing through an antenna have the ability to travel in all 

directions. This allows user mobility and freedom in the transmitter or receiver position. 

On the other hand, the E-plane (i.e. xy-plane) patterns are relatively similar to those of a 

monopole. 

A photograph of the implemented quad band-notched UWB antenna connected 

with the 50 Ω SMA mounted on a ferrite material around the feed cable is displayed in 

Figure 3-7. The antenna was fabricated at Hughes Circuit, Inc. [37]. Ferrite material has 

been placed to avoid any concerns arising from RF currents running down the feed cable 

[38]. 

 

 

Figure 3-7: A photograph of the fabricated antenna. 
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Figure 3-8 shows a plot of the simulated radiation efficiency versus frequency. 

Antenna radiation efficiency is the ratio of the radiated power to the input power of an 

antenna and is given using the following relation: 

Input

Rad

P

P
EfficiencyAntenna )(        (3.3) 

where RadP  is the antenna radiated power and InputP  is the antenna input power. 

The radiation efficiency data in Figure 3-7 illustrates high attenuations at the antenna 

quad-band notches and excellent radiation efficiency at out of the band notches. 

Generally, conductor and dielectric losses should be minimized in order to maximize 

radiation efficiency. 
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Figure 3-8: Simulated antenna efficiency versus frequency. 
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Figure 3-9 shows the tested antenna gain with an average gain equal to 3.5 dB. 

The gain was measured at the broadside direction as shown in Figure 3-9, where two 

identical antennas are separated by a distance d of 0.98 m. The transmission coefficient 

S21 was measured after a full two-port calibration was carried out to a Rhode & Schwarz 

ZVB20 vector network analyzer (VNA) and used to calculate the gain of the antenna 

using the following formula [39]: 

      

2
2

21
4

|| 









d
GG

P

P
S RT

T

R




          (3.4) 

where RT GG ,  are, respectively, the transmitter and receiver gain, and are equal in this 

case. RT PP ,  are the transmitted and received powers, and   is free space wavelength in 

meters. It is clearly evident that at the notch bands, the antenna gain drops sharply. 
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Figure 3-9: Measured gain of the proposed antenna versus frequency. 
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3.3 Conclusions 

A compact and simple multilayered quad band-notched UWB antenna for 

WiMAX, INSAT, and lower/upper WLAN applications has been proposed. The overall 

antenna size is 33.5mm × 30 mm × 2.34 mm which is more compact when compared 

with the recently published multiple-band notched antenna in [30] with antenna size of 

(108mm × 50mm × 1.136mm). The proposed antenna radiator design is comprised of a 

rectangular slot patch fed with a 50Ω Microstrip line. Quad band-notched frequencies are 

realized by adding four ring resonators sharing the same vertical axis and implemented 

on multiple layers. Having the same vertical axis and allowing the possibility to arrange 

the ring resonators above and/or below the actual antenna led to straightforward 

fabrication when compared to the existing UWB antennas with band-notches.  

The antenna has been fabricated and tested for the purpose of validating the 

design. The antenna exhibits good impedance matching and radiation performance. 

Finally, the antenna is advantageous in modern multilayered circuits such as monolithic 

microwave integrated circuits (MMICs) and low temperature co-fired ceramic (LTCC) 

technologies. 
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Chapter 4 

 

 

Dual-Mode In-Line SIW Filters with 

Advanced Frequency Characteristics 
 

 

The development of SIW technology has opened new perspectives for circuits and 

systems in the microwave and millimeter-wave frequency range. Based on a synthesized 

waveguide in a planar dielectric substrate with two rows of metallic vias [40], this low 

cost realization of the traditional waveguide circuit inherits the merits from both the 

Microstrip for easy integration and the waveguide for low radiation loss. Among the 

different classes of SIW components proposed in the literature, SIW filters have received 

particular attention, due to the possibility of achieving high quality-factor and better 

selectivity when compared to classical planar filters in Microstrip and coplanar 

waveguide (CW) technology. 

Most efforts have been focused on implementing SIW filters to operate in the 

dominant transverse electric (TE10) mode since it has the lowest attenuation of all modes, 

[41, 42] and few works are concerned about SIW dual-mode filters. Dual-mode filters 

have been widely used in satellite communications due to their reduced mass and volume. 

In dual-mode bandpass filters, the number of resonators required for a given filter can be 

reduced by half, resulting in a more compact filter configuration [43-45]. 
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Moreover, SIW dual-mode bandpass filters exhibit high skirt selectivity and 

symmetric transmission zeros [46]. The early works on SIW dual-mode filters are 

focused on realizing dual-mode frequency characteristics in single and multi-layer 

configurations [47-49]. However, SIW dual-mode filters suffer from limited upper 

stopband attenuation and thus will need to be cascaded by a lowpass cleanup filter [50]. 

The filter presented in [50] is cascaded by a lowpass cleanup filter which is realized 

outside the SIW cavities nearby the input/output feed-line. This leads to inefficient 

utilization of the filter’s area.  

To this end, the novelty of this work is in implementing the cleanup LPF with 

wide stopband using DGS within the dual-mode SIW cavity area. This can be realized by 

etching off a defected pattern from the backside metallic ground plane with periodic 

structures. DGS provides rejection of certain harmonics and allows the realization of 

compact size components [51-54]. In addition, for the first time, advanced transfer 

characteristic has been achieved by realizing a dual-band frequency response using dual-

mode SIW cavities. 

The objective of this chapter is to present SIW dual-mode filters with an 

improved upper stopband performance and a dual-band frequency characteristic. It will 

be shown that the proposed filters possess the desirable feature of compactness while 

achieving excellent electrical performance. 

The organization of this chapter is as follows. Section 4.1 describes the 

configuration of the proposed dual-mode filters with DGS as well as the simulated results 

of two different filter’s orders; Section 4.2 discusses the realization of a dual-band dual-

mode filter; while conclusions are given in Section 4.3. 
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4.1 Dual-Mode SIW Filter with an Improved Upper Stopband 

Figure 4-1 depicts the coupling scheme of the DGS dual-mode SIW filter which 

consists of the two orthogonal resonant modes (TE102 and TE201) in an SIW cavity (node 

1 and node 2), and the cascaded LPF with wide stopband generated using DGS (node 3). 

It will be shown that the DGS occupies the area of the SIW cavity; hence, compact 

realization is achieved. 

 
 

Figure 4-1: Coupling topology of the proposed filter. 

 

A conventional waveguide has one conductor which confines the wave energy 

within its cavity and supports either TE or transverse magnetic (TM) modes. Waveguides 

can support an infinite number of modes and each has their own cut-off frequency. In 

conventional rectangular waveguide, the cutoff frequency fc10 of a TE10 mode waveguide 

resonator is computed from [18, 55]  
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by setting m = 1 and n = 0 leading to  
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In (4.1), c is the speed of light in free space, r is the dielectric constant of the material 
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filling the cavity, m and n are the mode numbers representing the number of half waves 

across the waveguide width and height respectively, W is the width of the resonator, and 

H is the height of the cavity. From (4.2), we can conclude that the lower the mode 

numbers, the lower the cutoff frequency. 

The fundamental resonant frequency of a rectangular TE10 mode resonator is 

evaluated from 
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by setting m = 1, n = 0 and p = 1 leading to  
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In (4.3), L is the length of the cavity and p is the number of half wavelengths along the 

cavity. The length of a waveguide resonator can then be determined upon solving (4.4) to 

give 

                                               2
2

1012

14

1





















W
f

c

L

r
r

      (4.5) 

The first spurious passband of such a conventional waveguide filter is obtained by 

setting p = 2 for m = 1 and n = 0 in (4.3) leading to 
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In order to map from conventional waveguide dimensions into SIW demotions the 

following expression is used [56]: 
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SIWr
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DimDim WGSIW
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
                               (4.7) 

where DimWG _  is any dimension in the waveguide design, W Gr _  is the permittivity inside 

the waveguide, and SIWr _  is the permittivity for the SIW substrate.  

In dual-mode resonator, the condition that both modes resonate at the same 

frequency [57] in a rectangular cavity with a, b, and l sides is given by 

0)()()()( 2222 
L
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W
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       (4.8) 

Consequently, the initial dimension ratio between the length (L) and the width 

(W) of the resonator can be calculated using the following equation 
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


        (4.9) 

where (m, n) and (p, q) refer to the first and second mode respectively. It is assumed that 

the dimension H (i.e. cavity height) is equal to zero, since the proposed filters are realized 

using planar SIW technology.  

The prototype response in Figure 4-2 operates as if it is comprised of a bandpass 

filter in cascade with a lowpass filter. This results in a bandpass response with an 

improved upper stopband performance as explained in the prototype response of Figure 

4-2(c), where Figure 4-2(a) is a bandpass response with a fundamental passband centered 

at f1 and a stopband that is limited to f2 cascaded with a wide stopband lowpass response 

generated using DGS and covers the center frequency (f1) as in Figure 4-2(b). 
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Figure 4-2 Bandpass prototype response cascaded with a LPF. 
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To excite the SIW ports, different possible topologies for coupling between a 

Microstrip transmission line and an SIW cavity can be used as illustrated in Figure 4-3. 

 
(a) 

 

 
(b) 

 
(c) 

Figure 4-3 Input/output coupling configurations: (a) Linear tapered transition; (b) 

Direct coupling; (c) Slot-line coupling. 
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In Figure 4-3(a), a linear taper transition is used for coupling between the 50 Ω 

transmission line and the SIW cavity. However, this transition will add additional in-band 

loss. In Figure 4-3(b), direct coupling causes more energy transmission by higher order 

modes and thus results in a degrading the stopband performance, while in Figure 4-3(c) 

slot coupling has better stopband performance since less energy can be transferred by the 

higher order modes [58], however, the radiation caused by the slot coupling may reduce 

the unloaded quality factor. 

Two different order filters with DGS will now be illustrated as in the following 

sections. 

 

4.1.1 Single-Cavity Dual-Mode SIW Filter 

Figure 4-4 illustrates the physical structure of a single-cavity dual-mode SIW 

filter with DGS. The structure is supported by a 0.508 mm thick Rogers RT/duroid 5880 

substrate with a dielectric constant of 2.2 and a loss tangent of 0.0009. In SIW, the 

conditions where SIW is equivalent to a conventional rectangular waveguide and has a 

negligible leakage lossless [59, 60] is defined by 

           DiameterViad                  (4.10) 

and 

      25.0
c

d


                   (4.11) 

where d is the spacing between any two vias and c  is the cutoff wavelength. 
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Full-wave EM simulations were performed using ANSYS HFSS leading to the 

following optimal dimensions of the proposed filter as listed in Table 4.1. As depicted in 

Figure 4-4, slot coupling is used for the input/output feed-lines. 

 

 
(a) 

 

 
(b) 

 

Figure 4-4: The physical structure of a single-cavity dual-mode bandpass filter with 

DGS: (a) top view; and (b) bottom view. 

 

 

 

 

 

 

 

 



 
56 

Table 4.1: Dimensions of the Single-Cavity Dual-Mode SIW Filter with Via Diameter = 

0.5 mm and Spacing. 

 

Symbol Value (mm) 

l 21.1 

lt 4.5 

ltr 0.6 

w 19.8 

wt 1.6 

ws 1.8 

wtr 2.8 

Xoff 6.5 

d 2 

Gx 0.7 

Yg 2.1 

Xg 2.7 

Sg 0.3 

Yoff 3.8 

 

The source and load couplings as well as the inter-resonator couplings were 

adjusted for best electrical performance resulting in the simulated electrical performances 

shown in Figure 4-5(a) without DGS and Figure 4-5(b) with DGS and improved upper 

stopband. Both plots have a passband center frequency at 11 GHz with a transmission 

zero located on the passband’s upper side. 

A well-tuned microwave filter must have the number of dips (i.e. filter’s poles) in 

the S11 response equal to the filter’s order as in Figure 4-5. The electrical performance of 

the filter in Figure 4-5 shows a second order filter since two poles appear in the S11 

response.  
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Figure 4-5: Simulated frequency response of the single-cavity SIW bandpass filter: (a) 

without DGS; and (b) with DGS. 
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4.1.2 Double-Cavity Dual-Mode SIW Filter 

An attempt to improve the skirt selectivity led to the implementation of a double-

cavity dual-mode SIW filter with DGS whose configuration is shown in Figure 4-6. 

Full-wave EM simulations were performed leading to the following optimal 

dimensions as listed in Table 4.2. 

 

 
(a) 

 

 

 
(b) 

 

Figure 4-6: The physical structure of a double-cavity dual-mode SIW bandpass filter 

with DGS: (a) top view; and (b) bottom view. 

 

 



 
59 

Table 4.2: Dimensions of the Double-Cavity Dual-Mode SIW Filter with Via Diameter = 

0.5 mm and Spacing. 

 

Symbol Value (mm) Symbol Value (mm) 

l1 20.5 ltr_2 1.2 

l2 19.8 wtr_1 3.7 

w1 20.3 wtr_2 3.7 

w2 22.25 xoff_1 5.9 

wt 1.6 xoff_2 7.9 

Gc 5.6 d 2 

Gd 0.7 Gx 0.7 

ws_1 1.8 Yg 2.1 

ws_1 1.9 Xg 2.7 

lt_1 4.7 Sg 0.3 

lt_1 5.7 Yoff_1 3.8 

ltr_1 1.2 Yoff_2 3.8 

 

Based on the successful implementation of the single-cavity filter, a double-cavity 

filter was then simulated following similar steps as seen in Figure 4-7. The simulated 

performance shown in Figure 4-7(b) clearly exhibits an improved upper stopband 

performance and further proves the validity of the proposed approach. Both plots have 

passband center frequency at 11 GHz with two transmission zeros located on the 

passband’s lower and upper side. 
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(b) 

Figure 4-7: Simulated frequency response of the double-cavity SIW bandpass filter: (a) 

without DGS; and (b) with DGS. 
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4.2 Dual-Band Dual-Mode SIW Filters 

Figure 4-8 depicts the coupling scheme of the dual-mode SIW filter which 

consists of two orthogonal resonant modes (TE102 and TE201) in an SIW cavity (node 1 

and node 2). The electric field distributions of the orthogonal modes in a cavity are 

shown in Figure 4-9. 

 

Figure 4-8: Coupling topology of a dual-mode SIW cavity. 

 

 

(a) 
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(b) 

Figure 4-9: (a) Electric field distribution of TE102 mode and (b) Electric field distribution 

of TE201 mode. 

 

4.2.1 Three-Cavity Bandpass Dual-Mode SIW Filter 

Figure 4-10(a) illustrates the physical structure of a three-cavity bandpass dual-

mode SIW filter with 50 Ω Microstrip feed-lines. As depicted, a linear taper for transition 

between the 50 Ω Microstrip line and the SIW is used for the input/output feed-lines [40]. 

The structure is supported by a 0.508 mm thick Rogers RT/duroid 5880 substrate with a 

dielectric constant of 2.2 and a loss tangent of 0.0009. 

Full-wave EM simulations were performed using ANSYS HFSS leading to the 

optimal dimensions (Table 4.3) of the dual-mode bandpass filter. The source and load 

couplings, as well as the inter-resonator couplings, were adjusted to achieve the best 

electrical performance resulting in the simulated electrical performances shown in Figure 

4-10(b). The evaluated response has a passband center frequency at 11 GHz with a 10% 
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fractional bandwidth. Fractional bandwidth is the ratio between the absolute bandwidth to 

the center frequency and is given by 

%100(%) 



C

LH

f

ff
BandwidthFractional   (4.12) 

where Hf  is the upper cutoff frequency, Lf  is the lower cutoff frequency, and Cf  is the 

passband center frequency. 

Three transmission zeros are introduced. Two transmission zeros are located on 

the passband’s lower side at 9.9 GHz and 10.2 GHz, while the third transmission zero is 

located on the upper side at 11.8 GHz.  

Each dual-mode cavity is responsible for generating two transmission poles and 

one transmission zero due to the different phase shifting between the two orthogonal 

modes in the cavity. 

Note that the position of the transmission zeros can be moved to the passband’s 

left- or right-side by changing the cavity’s length-to-width ratio [57]. 

 

 
(a) 
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(b) 

 

Figure 4-10: (a) Top view configuration of the three-cavity bandpass dual-mode SIW 

filter and (b) its simulated frequency characteristics. 

 

Table 4.3: Dimensions of the Bandpass Dual-Mode SIW Filter with Via Diameter = 0.5 

mm and Spacing between Adjacent Vias = 1.5 mm. 

 

Symbol Value (mm) Symbol Value (mm) 

L1 17.5 Wtr2 1.8 

L2 18 WS1 3.7 

L3 18.6 WS2 8.4 

Lt1 6 WS3 1.7 

Ltr1 2.8 WS4 8.6 

Lt2 6 WS5 8 

Ltr2 2.8 WS6 0.75 

W1 25.2 WS7 10 

W2 18.8 WS8 3.6 

W3 22.6 WS9 2.7 

Wt1 13.6 WS10 8.9 

Wtr1 1.8 WS11 3 

Wt2 13.2 WS12 2.8 
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4.2.2 Three-Cavity Dual-Band Dual-Mode SIW Filter 

Based on the successful implementation of the three-cavity bandpass filter, a 

three-cavity dual-band filter was implemented following similar steps. Here, the position of 

the transmission zero responsible for creating the dual-band characteristics has been 

adjusted by changing the offset in the input and the output couplings. 

The physical structure of the proposed dual-band dual-mode SIW filter is shown in 

Figure 4-11(a). Full-wave EM simulations were performed leading to the optimal 

dimensions of the proposed filter as in Table 4.4. 

The simulated frequency performance shown in Figure 4-11(b) clearly exhibits 

dual-band frequency characteristics and further establishes the validity of the proposed 

approach. The dual-band frequency response has a lower passband center frequency at 10.6 

GHz with a 4% fractional bandwidth and an upper passband center frequency at 11.4 GHz 

with a 5% fractional bandwidth. Two symmetric transmission zeros are located on the 

passband’s lower and upper sides, and the transmission zero that was located at 9.9 GHz in 

the previous design is now located at 11 GHz. 

  It is worth mentioning that the level and bandwidth of the in-band notch (i.e. 

transmission zero at 11 GHz) could be further improved by increasing the filter’s order 

until it provides the desired isolation between the two adjacent bands. 
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(b) 

 

Figure 4-11: (a) Top view configuration of the proposed three-cavity dual-band dual-

mode SIW filter and (b) its simulated frequency characteristics. 
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Table 4.4: Dimensions of the Proposed Dual-Band Dual-Mode SIW Filter with Via 

Diameter = 0.5 mm and Spacing between Adjacent Vias = 1.5 mm. 

 

Symbol Value (mm) Symbol Value (mm) 

L1 17.5 Wtr2 1.8 

L2 19.7 WS1 4.8 

L3 17.9 WS2 6.9 

Lt1 5.75 WS3 2.5 

Ltr1 2.8 WS4 8.1 

Lt2 6 WS5 4.8 

Ltr2 2.8 WS6 0.9 

W1 21.4 WS7 8.6 

W2 19 WS8 2.8 

W3 23.4 WS9 2.9 

Wt1 12.8 WS10 8.6 

Wtr1 1.8 WS11 2.9 

Wt2 12.8 WS12 2.35 

 

4.3 Conclusions 

SIW dual-mode bandpass filters with an improved upper stopband performance 

are demonstrated. The filters are comprised of three SIW cavities with pairs of orthogonal 

modes while the inter-resonator couplings are realized by using simple inductive 

discontinuities. A lowpass cleanup filter generated using DGS pattern etched on the 

ground plane within the cavity area and the proposed filters show an excellent upper 

stopband improvement while the filter’s compact size is maintained.  

An SIW filter with dual-mode dual-band frequency characteristics and symmetric 

transmission zeros was successfully realized. A dual-band response can be easily 

achieved by moving one of the dual-mode bandpass filter transmission zeros toward its 

passband. SIW technology is used for better device and system integration. 
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Chapter 5 

 

Reconfigurable Bandpass SIW Filters 
 

 

Reconfigurable bandpass filters have become a crucial component in emerging 

broadband microwave and millimeter-wave communication systems, especially in front-

end receivers. Recently, to meet the stringent requirements of modern multi-band 

systems, reconfigurable filters with low insertion loss and compact size have become 

desirable. This has led to the development of sophisticated implementations of tunable 

cavity resonators based filters [61-63]. Therefore, tunable SIW filters using simple tuning 

techniques are highly desirable. In literature, tunable microwave circuits fall into the 

following types: mechanically [64], magnetically [65], ferroelectrically [66], electrically 

[67], and optically [68] tunable circuits. In this work, ferrite material is employed in SIW 

filters, which provides the possibility of new and simple tuning methods. Design 

principle of the ferrite SIW filter is based upon the synthesis approach of microwave 

circulators/isolators. First publication about microwave ferrite devices using SIW 

technology such as circulators and isolators was presented in 2004 by D’Orazio et al [69]. 

For emerging high volume applications, related efforts focused on the integration of SIW 

circulators [70], advance frequency characteristics [71], and notch filter incorporating 

junction circulators [72]. However, none has reported the use of circulators as tunable 
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bandpass filters. In many cases, this is an advantageous to use one front-end component 

which has two functions (i.e. circulation and filtering). Therefore, the objective of this 

chapter is to demonstrate that the design principle of waveguide ferrite circulators and 

isolators can be utilized for realizing a tunable filter response in a planar realization. 

Section 5.1 investigates the implementation of single- and double-circulator 

tunable SIW filters as well as their simulated results, while conclusions are given in 

Section 5.2. 

 

5.1 Filter Implementation 

The configuration of circulators and isolators is essentially a multi-port network. 

Utilizing the simple structure of a three-port symmetric (i.e. all the port separation angles 

are equal to 120
o
) waveguide circulator with one port terminated by its matched load (i.e. 

50 Ω load) leads to the realization of an isolator or a two-port circulator which performs 

the same function as a section of transmission line. Moreover, ferrite resonators with any 

threefold symmetry shapes could be used (i.e. disk or triangle shape) [63, 74]. However, 

in this work, TT2-125 [75] ferrite disk made of nickel (Ni) was selected, which has better 

parameter flexibility. Ferrite disk can be designed to fall under one of the following 

geometries [76] as shown in Figure 5-1. Figure 5-1(a) depicts a half-wavelength long 

ferrite disk open-circuited at both ends and coupled in the middle of a waveguide 

junction. Figure 5-1(b) shows two quarter-wavelength ferrite disks, while Figure 5-1(c) 

shows a single quarter-wavelength ferrite disk. It is worth mentioning that the analysis 

and performance of all three geometries are similar, but the geometry in Figure 5-1(b) has 
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better parameter flexibility and enables the realization of a symmetrical structure which is 

preferred for efficient electromagnetic simulations and modeling.     

  

(a) (b) 

 

(c) 

Figure 5-1: Side view of three different ferrite disk geometries. 

 

Here, the ferrite magnet operates above-resonance in the saturation mode, since 

much higher magnetic fields are not a concern. To avoid low field loss as that for 

resonance and below resonance [76], the saturation magnetization should be selected 

such that the ferrite is fully biased. To meet this condition, we need 

                                                            a
eff

S HM 



4                 (5.1) 

and 

     
H

eff


                                                             (5.2) 

 

where SM4  is the ferrite saturation magnetization,   is the RF radian frequency, eff  

is the effective gyromagnetic ratio, aH  is the anisotropy field associated with the 
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particular material selected, and H  is the applied magnetic field. Two examples will now 

be illustrated. 

 

5.1.1 Single-Circulator Tunable Bandpass Filter 

Figure 5-2 illustrates the physical structure of a single-circulator tunable bandpass 

filter. The structure is supported by a 1.575 mm thick FR4 substrate with a dielectric 

constant of 4.4 and a loss tangent of 0.02. Full-wave EM simulations were performed 

with the aid of ANSYS HFSS leading to the following optimal dimensions of the proposed 

filter as listed in Table 5.1. Here, HFSS based on FEM method is preferred for the closed 

space problems such as cavities because it does not have high performance absorbing 

boundary in comparison to other commercial EM solvers based on the finite difference 

time domain (FDTD) methods. 

 

Table 5.1: Dimensions of the Proposed Single-Circulator Tunable Filter with Via 

Diameter = 0.5 mm and Spacing between Adjacent Vias = 1.5 mm. 

 

Symbol Value (mm) 

l1 6.98 

l2 6.98 

l3 8.51 

d 1 

D 13.1 

hf 0.3 

W1 11.68 

W2 11.68 

W3 11.68 

 

As depicted in Figure 5-2, two ferrite disks are coupled in the middle of the 

waveguide junction. Figure 5-3 shows the frequency performance of the configuration in 

Figure 5-2 with the minimum internal bias (i.e. 2100 Gauss) required for saturating the 
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ferrite magnet. The plot has a passband center frequency at 10.45 GHz with an insertion 

loss of 1 dB. 

 

 
(a) 

 

 

 

 

 

 
(b) 

 

 

Figure 5-2: The physical structure of a single-circulator tunable bandpass filter: (a) top 

view; and (b) side view. 
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Figure 5-3: The simulated frequency response of a single-circulator bandpass filter. 
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Figure 5-4 shows that for a given passband center frequency, increasing the 

diameter of the ferrite disk leads to a decrease in the bandwidth. Figure 5-5 illustrates the 

simulated S-parameter results when tuned from 10.45 to 11.3 GHz by vertically applying 

different internal dc-magnetic bias intensities, while the insertion loss and the fractional 

bandwidth variation are given in Figure 5-6.  

It is also found that the bandwidth has experienced certain variation as the 

passband’s center frequency is tuned. 
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Figure 5-4: The simulated frequency characteristics of a single-circulator filter with 

bandwidth control. 
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Figure 5-5: Variation of the passband center frequency with the applied magnetization 

field of the single–circulator tunable bandpass filter: (a) S21 response; and (b) S11 

response. 
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Figure 5-6: Simulated insertion loss and fractional bandwidth. 
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Figure 5-7: DC-magnetic bias intensity versus passband center frequency. 
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Figure 5-7 shows the linear relationship between the applied magnetic field and 

the tuning range of the passband center frequency. This is advantageous since a specific 

frequency characteristic can be easily anticipated. 

 

5.1.2 Double-Circulator Tunable Bandpass Filter 

After the successful implementation of the single-circulator filter, a double-

circulator filter was implemented. The physical structure of the double-circulator 

bandpass filter (Figure 5-8) was simulated using ANSYS HFSS following the same 

guidelines presented in the single-circulator filter leading to the following optimized 

dimensions presented in Table 5.2. 

 

Table 5.2: Dimensions of the Proposed Double-Circulator Tunable Filter with ferrite-gap 

= 0.1 mm, Via Diameter = 0.5 mm, and Spacing between Adjacent Vias = 1.5 mm. 

 

Symbol Value (mm) 

l1 5.1 

l2 12.45 

l3 5.8 

l4 5.1 

l5 5.8 

d 1 

D1 13.36 

D2 13.36 

W1 11.68 

W2 10.9 

W3 11.68 

W4 11.68 

W5 11.68 

 

This was mainly to prove the validity of the underlying design principle and to 

improve the selectivity of the proposed filter. Figure 5-9 shows the simulated S-
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parameter frequency performance that is tuned from 10.45 to 11.3 GHz. As depicted, 

Figure 5-9(a) clearly exhibits an improved stopband attenuation compared to the results 

in Figure 5-5(a). A good return loss (S11) within the passband bandwidth is achieved as 

shown in Figure 5-9(b). 

 

 
 

Figure 5-8: Top view of the physical structure of a double-circulator tunable bandpass 

filter. 
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Figure 5-9: Variation of the passband center frequency with the applied magnetization 

field of the double–circulator tunable bandpass filter: (a) S21 response; and (b) S11 

response. 

 

5.2 Conclusions 

This work introduced a new class of SIW bandpass filters with robust and simple 

tuning ability. The passband of the proposed filters can be reconfigured by adjusting the 

dc-magnetic bias applied to a pair of ferrite disks located at the edge of an SIW cavity. 

The applied magnetic field dynamically controls the passband center frequency of the 

SIW filter, while dramatically reducing the complexity compared to traditional electronic 

control methodologies. The proposed filters maintain nearly constant bandwidth and 

passband shape as the filter is tuned. The presented examples show single- and double-
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circulator filters, however, the same principle may be applied for more than two 

circulators forming a filter. 

It is foreseen that this type of filter will find numerous applications in advanced 

RF front-ends where simple and stable tunability is of the essence. 

 

 

 

 

 

 

 

 

 

 



 
80 

 

 

Chapter 6 

 

In-line Evanescent-Mode SIW Bandpass 

Filter with N-1 Transmission Zeros 
 

In 1950 Jaynes [77] and Edson [78] proposed that waveguide resonators operating 

at cutoff may be used in filter design. These filters are called evanescent-mode filters. 

Compact, low-loss filters are commonly designed utilizing the evanescent-mode response 

in situations where size and weight restrictions need to be met without sacrificing a 

filter’s performance as in satellite communications or transponders. The literature holds 

many publications discussing several design approaches regarding the design of 

evanescent-mode waveguide filters [79-85]. The basic device consists of a section of 

rectangular waveguide with a number of spaced discontinuities distributed across the 

guide length. The novelty in the proposed design lies using the SIW technology in 

implementing an in-line (i.e. input and output ports are located across the filter length) 

bandpass filter to operate below the cutoff frequency (i.e. evanescent-mode), thus 

compact size planar filter is realized with capability of realizing N-1 transmission zeros 

where N is the filter’s order. In-line structures are usually preferable, especially in 

integrating multiple components. 

There are two major purposes for using an evanescent-mode in this design. The 

first purpose is for realizing compact filters. Operating in evanescent-mode makes the 
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realization of SIW filters which operate at low resonant frequencies more reasonable, 

since, as presented in equation (4.1), the cutoff characteristics in a conventional 

waveguide structure depend on the cross-sectional dimensions of the waveguide cavity. 

Here, evanescent-mode filters have a smaller cross-section than rectangular waveguide 

filters, and it is worth mentioning that as we move down in frequency, the waveguide 

dimensions increase and vice-versa. The second purpose is that SIW filters exhibit a poor 

stopband performance as demonstrated in equation (4.6). Thus, working in evanescent-

mode far below the cutoff frequency leads to an improvement in the upper stopband 

performance. 

The next section demonstrates the implementation of 3
rd

 order evanescent-mode 

SIW bandpass filters with and without transmission zeros. 

 

6.1 Filter Implementation 

6.1.1 3
rd

 Order Evanescent-Mode Bandpass Filter 

The design concept is easily understood upon examining the 3
rd

 order evanescent-

mode circuit prototype shown in Figure 6-1. The circuit is comprised of three bandpass 

resonators (i.e. (L1,C1) and (L2,C2)). As depicted, the inter-resonator couplings are 

inductive couplings (i.e. L12 and L21). 

 

Figure 6-1: 3
rd

 order circuit prototype of an evanescent-mode bandpass filter in a 50 Ω 

system. 

Ω 

Ω 
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A symmetrical implementation for the evanescent-mode SIW filter of Figure 6-1 

is shown in Figure 6-2, which depicts two substrate layers; a main substrate layer with a 

relative dielectric constant of 3.55, a loss tangent of 0.0027 with 1.524 mm thickness and 

a thin dielectric layer (i.e. lid layer) positioned above the main layer with a relative 

dielectric constant of 3.55, a loss tangent of 0.0027 with 0.2032 mm thickness. The lid 

layer works as distributed capacitors for the three resonators on the main layer and also is 

one of the four waveguide cavity walls. The SIW section shown in Figure 6-2 is an 

evanescent-mode guide which is an inductive element. In evanescent-mode, the transfer 

of power below the cutoff frequency is a result of the multiple reflections between the 

waveguide section and its own shunt capacitive obstacles, which are represented by 

Combline resonators [1, 86, 87]. Both shunt capacitive and inductive elements are needed 

to construct the evanescent-mode bandpass filter characteristics. In Figure 6-2, each 

Combline resonator has a length of 1.524 mm (i.e. main substrate thickness) and is 

mounted with an equally distributed capacitance hat. The illustrated filter has a 

symmetrical structure with an impedance difference between the middle and both of the 

I/O Comblines. These impedance differences are accomplished by varying the radius of 

the circular vias (R1, R2) as shown in Figure 6-2. Structure dimensions are listed in Table 

6.1. 

Equation 6.1 is a parallel plate capacitor formula which represents the shunt 

capacitors (C1 and C2) in Figure 6-1, where in our design d is the lid layer thickness, A is 

the circular area mounted above the Comblines, and   is the dielectric permittivity. 

    
A

C
d


        (6.1) 
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It is worth mentioning that as the capacitance value decreases, the passband resonances 

shift up in frequency and vice-versa.  

 
(a) 

 

 
(b) 

Figure 6-2: The proposed 3
rd

 order evanescent-mode SIW bandpass filter: (a) 2D top 

view; (b) 3D side view. 
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Table 6.1 Dimension values of the 3
rd

 order evanescent-mode SIW bandpass filter as 

depicted in Figure 6-2. 

 

Symbol Value (mm) 

d 2 

W 19.4 

LTR 7.9 

WTR 2.7 

L 58 

L12= L21

 
18.7 

D1

 
12.4 

D2

 
12.2 

R1 3.2 

R2 3.3 

Via radius
 

0.35 
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Figure 6-3: Simulated frequency response of a 3
rd

 order evanescent-mode SIW bandpass 

filter. 
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The passband resonant frequency can be given by 

LC

1
                     (6.2) 

where L represents the shunt inductor in Figure 6-1. 

Figure 6-3 shows the simulated frequency characteristics of the 3
rd

 order filter 

with a center frequency of 1.75 GHz and 8.7% fractional bandwidth. As illustrated, the 

frequency response shows an excellent stopband performance. 

 

 

6.1.2 3
rd

 Order Filter with N-1 Transmission Zeros 

In order to improve a filter selectivity, finite frequency transmission zeros are 

required and must be located around the filter’s passband edge. Here, the transmission 

zeros are generated by mixing the inter-resonator couplings (i.e. inductive/capacitive 

coupling) represented by the series inductors and capacitors between any two resonators 

(see Figure 6-4). Each mixed-coupling branch (i.e. (C12, L12) and (C21, L21) in Figure 6-4) 

is responsible for generating one transmission zero or a bandstop element. Here, the 

inductive coupling is due to the electric coupling between the adjacent Comblines while 

the capacitive coupling can be achieved by placing a lumped element capacitor as shown 

in Figure 6-4. 

 

Figure 6-4: 3
rd

 order circuit prototype realizing Two finite transmission zeros in a 50 Ω 

system. 

Ω 

Mixed 

Coupling 

Ω 

Mixed 

Coupling 
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The physical structure of the 3
rd

 order evanescent-mode SIW filter (see Figure 6-

5) with transmission zeros was simulated using ANSYS HFSS following the same 

guidelines presented in the previous SIW example leading to the following optimized 

dimensions presented in Table 6.2. 

As depicted in Figure 6-5, lumped element capacitors are used to form the 

capacitive couplings needed to mix the couplings between the Comblines. Lumped 

element capacitors are usually preferred in testing since they can be easily replaced for 

filter tuning purposes. Another way to realize the series capacitors is by using inter-

digital capacitors [88]. This type of distributed capacitor has higher Q in comparison with 

lumped element capacitors; however, no further adjustment can be made while testing. 

Tuning is a common process in microwave filters to accommodate fabrication tolerances. 

 

 
 

Figure 6-5: A 2D top view of the proposed 3
rd

 order evanescent-mode SIW bandpass 

filter with two finite transmission zeros. 



 
87 

Table 6.2 Dimension values of the 3
rd

 order evanescent-mode SIW bandpass filter 

with two transmission zeros as depicted in Figure 6-5. 

 

Symbol Value (mm) 

d 2 

W 19.8 

LTR 7.9 

WTR 2.7 

L 58 

L12= L21

 
19 

C21 2.2 

C12

 
1.4 

D1

 
11.8 

D2

 
11.6 

R1 3.0 

R2 3.7 

Via radius
 

0.35 
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Figure 6-6: Simulated frequency response of a 3
rd

 order evanescent-mode SIW bandpass 

filter with two transmission zeros. 
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Figure 6-6 shows the simulated frequency response of the 3
rd

 order filter with a 

passband center frequency of 1.75 GHz and 8.7% fractional bandwidth. In addition, two 

transmission zeros are located at the passband’s lower side at 1.38 GHz and at the 

passband’s upper side at 2.12 GHz. 

As illustrated, the frequency response shows an excellent stopband performance 

with high filter selectivity, and this is due to the placement of the transmission zeros. 

 

 

6.2 Conclusions 
 

In this chapter, a novel implementation approach based on SIW technology of 

evanescent-mode bandpass filters with and without transmission zeros has been 

presented. Both proposed filters exhibit wide stopband responses and excellent 

selectivity. In addition, the implemented filters are compact in size, especially at low 

operating frequencies, when compared with the conventional waveguide filters. A 3
rd

 

order SIW filter with symmetric transmission zeros was implemented for better filter 

selectivity as compared to the SIW filter without transmission zeros. 

The proposed filters are promising and have potential applications in emerging 

RF frontends. 
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Chapter 7 
 

Conclusions and Future Work 
 

7.1 Summary of Research 

In this dissertation, microwave front-ends with novel design concepts and 

implementation techniques have been introduced. The proposed front-end components 

were realized using planar technologies (i.e. SIW and Microstrips). Full-wave EM 

simulations were performed with the aide of ANSYS HFSS to prove the validity of the 

underlying design principles. Novel implementations of front-ends such as packaging, 

antennas, and filters in the microwave frequency range have been discussed. 

In packaging, the problem of crosstalk reduction becomes one of the most 

important internal EMC problems especially in developing high-speed and high-density 

digital electronic equipment and very-large-scale integration (VLSI) applications. For this 

reason, both stepped impedance and open-circuited stub configurations employing 

uniform elements were developed for reduced far-end crosstalk in adjacent PCB traces. 

Such configurations are easier to implement in EMC prototype testing and have better 

crosstalk reduction compared to the conventional schemes. One drawback of using the 

stepped impedance design is the narrow width of the high impedance sections. This could 

be an issue for the flow of high current densities. The open-circuited stub design is more 

compact and more applicable for handling high current densities; however, the open-
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circuited stub design has relatively higher radiated emissions when compared to the 

stepped impedance design. It is worth mentioning that the conventional techniques allow 

transmission over a wide range of frequencies and since the proposed traces act as a LPF, 

the frequency of operation is limited up to their cutoff frequencies. 

In antennas, a novel and simple multilayered quad band-notched UWB antenna 

which covers all of WiMAX, INSAT, and lower/upper WLAN applications was 

designed, fabricated, and tested. Quad band-notched frequencies are realized by adding 

four ring resonators sharing the same vertical axis and implemented on multiple layers 

with possibility to arrange the ring resonators above and/or below the actual antenna 

radiator. This has lead to a robust and a straightforward fabrication. Moreover, since 

planar antennas have quantified Q-factor, designing multiple-band notched antenna is not 

an easy task. Q-factor of an antenna with rejection bands is responsible for generating a 

significant rejection band. In other words, as the number of rejection bands increases, the 

significance of the rejection bands decreases. For this reason ring resonators were utilized 

for generating the band notches in the proposed antenna. Ring resonator has low radiation 

losses and thus best utilization of the available Q-factor is achieved. Due to the low 

emission levels allowed by FCC, the proposed UWB antenna is beneficial for short-range 

and indoors applications. Such antenna will find potential military and industrial 

applications as in precision radar imaging technology, precision locating and tracking, 

and personal area networks. 

Next, SIW dual-mode bandpass filters with excellent improvement in the upper 

stopband performance were implemented. The improvement in the upper stopband 

performance was achieved by cascading by a low-pass cleanup filter. The lowpass 

http://en.wikipedia.org/wiki/Personal_area_network
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cleanup filter is generated using DGS pattern within the SIW cavity area and hence, 

compact realization is maintained. Such filter has potential applications where light 

weight and compact size filter is desirable as in vehicular, airborne, and handheld 

wireless receivers.  

As well, an SIW filter with dual-mode dual-band frequency characteristics and 

symmetric transmission zeros was successfully implemented. This work shows the 

capability of realizing dual-band response by moving one of the dual-mode bandpass 

filter transmission zeros toward its passband. Dual-band filters are essential component in 

wireless radio applications (e.g. GSM and GPS) which have dual co-operating bands for 

transmitting and receiving wireless signals. 

Modern multi-band systems require multiple filters operating at different bands of 

frequencies. However, multiple filters occupy a large surface area, thus tunable filters; 

become an interesting solution to these problems. Therefore, an SIW bandpass filter with 

robust tuning ability was introduced. The filters can be reconfigured by adjusting a dc-

magnetic bias applied to a pair of ferrite disks located at the edge of an SIW cavity. The 

applied magnetic field dramatically reduces the complexity compared to traditional 

electronic control methodologies. 

Furthermore, there is always demand for narrowband filters with symmetrical 

transmission zeros placed close by the filter’s passband as is the case with diplexers or 

multiplexers. Novel implementation approach of evanescent-mode SIW bandpass filters 

with and without transmission zeros was presented. The implemented filters are compact 

in size, especially at low operating frequencies and have wide stopband performance 

when compared with the conventional waveguide filters. 
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Finally, various parameters are defined and discussed when considering 

integration of different RF/microwave components within a system. The overall 

performance of a system can be evaluated by two important parameters, noise figure and 

power gain. 

 

7.2 Future Work 

Several research opportunities exist as a direct result of this work in designing 

high performance front-ends for passives. The following discussion shows the possible 

areas for future work 

The proposed front-ends can be realized using high temperature superconductive 

(HTS) materials instead of copper. This will reduce the insertion losses and will provide 

more isolation at the rejection bands. The low surface resistance of superconducting 

materials allows the building of planar resonators with high unloaded quality factors. 

Electromagnetic band-gap (EBG) structures principles can be applied on the 

proposed front-ends to reduce losses, especially at millimeter-wave and terahertz 

applications. Band-gap structures are dielectric materials with periodic arrangement that 

result in the formation of stop-bands at certain frequencies. Such structure helps in 

preventing traveling waves from scattering by external sources and consequently high-Q 

front-ends can be realized. 

Several RF components require optimization, especially microwave filters. 

Different artificial intelligence techniques such as artificial neural networks (ANNs) 

algorithms and genetic algorithms (GAs) can be applied for optimizing. The selection of 

a specific algorithm is based on the output behavior of a device/component. 
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 Periodic DGS with different shapes can be studied not only for enhancing the 

stopband isolation but also for high-Q and high performance structures. 

Last but not least, investigating different active tuning elements (i.e. transistors or 

varactor diodes) in integrated tunable UWB antennas is highly desirable, especially for 

controlling the location of the frequency band-notches. 
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